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Abstract –The class Φ2 resonant converter is one of the most 
promising very-high-frequency (VHF) power converter 
topologies.  It comprises a class Φ2 resonant inverter, which 
provides low switch voltage stress compared to other resonant 
inverter topologies, and a class E resonant rectifier.  In this 
paper, a design optimization and performance evaluation of the 
class Φ2 VHF dc/dc converter are presented.  Two different 
topologies are considered.  Due to the complexity of the 
converter operation, the design is performed in several 
iterations aided by Simplis simulations.  The design procedure 
is illustrated on a 90-W, 160-170-V input and 33-V output 
voltage class Φ2 dc/dc converter operating at 30 MHz.  The 
experimental circuit is described in details and measurement 
results are presented.  Practical issues with the currently 
available GaN devices are also discussed. 

Keywords – VHF power converter, class Φ2 VHF dc/dc 
converter, resonant inverter, class E resonant rectifier 

I.  INTRODUCTION 

The general trend to meet the increasing demand for power 
supplies with reduced size, weight, and cost, as well as 
improved dynamic performance is to increase the switching 
frequency.  Passive components (inductors, transformers, and 
capacitors) typically dominate the size and weight of a power 
supply.  Increased switching frequencies lead to a reduction 
in the required energy storage and permit use of smaller 
passive components.  Furthermore, higher switching 
frequencies can substantially improve transient performance 
and control bandwidth.   

Recent advancements in wide-band-gap devices (GaN and 
SiC) renewed the interest in high-frequency power converters 
operating above 10 MHz.  For example, GaN High-Electron-
Mobility Transistors (HEMTs) have considerably lower gate 
charge and lower output capacitance than Si MOSFETs and, 
therefore, they have a good potential for operation at higher 
switching frequencies and, consequently, for size reduction 
of the power supplies [1]-[4]. 

At high frequencies, resonant converter topologies have to 
be used to eliminate switching losses.  Specifically, 
appropriate resonant topologies are needed for zero-voltage 
switching (ZVS) of resonant inverter switches and zero-
current switching (ZCS) of resonant rectifier diodes. 

Today, research is focused on power conversion at very 
high frequencies (VHFs), mostly in the 30-100 MHz range 
[5]-[12], where, design optimization of VHF power 
converters is, generally, based on RF power amplifier 
techniques [13], [14].  

One of the most promising VHF power converters is the 
class Φ2 dc/dc resonant converter, shown in Fig. 1, which was 
introduced in [5].  It comprises a class Φ2 resonant inverter, a 
class E resonant rectifier, and a transformation stage.  The 
class Φ2 resonant inverter is derived from the class E resonant 
inverter by adding series network L2-C2 in parallel to the 
switch.  When the L2-C2 resonant frequency is tuned to the 
double switching frequency, the 2nd harmonic in the switch 
voltage is eliminated.  With a proper design of the multi-
resonant network (MRN), comprising LP, L2, C2, and CP, low 
switch voltage stress and ZVS of the switch is achieved.  In 
fact, the voltage stress in the class Φ2 inverter is about 2.2-2.5 
times the input voltage, unlike 3-4 times the input voltage in 
the conventional class E inverter [7].  The resonant inverter 
operates at constant switching frequency and constant duty 
cycle.  To achieve output voltage regulation, burst-mode 
(on/off) control is employed.  The class E resonant rectifier in 
Fig. 1 provides ZCS of the rectifier diode DR.  The 
transformation stage between the resonant inverter and 
resonant rectifier is used for scaling the inverter voltages and 
currents to achieve higher efficiency.  The transformation 
stage can be an autotransformer (as shown in Fig. 1) or an 
isolation transformer. 
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A modified topology of the class Φ2 dc/dc converter in Fig. 
1 is shown in Fig. 2, which was introduced in [9]. The 
transformation stage in Fig. 2 is an isolation transformer 
whose primary winding is merged with the MRN input 
inductor so that the magnetizing inductance of the 
transformer takes the role of the input inductor. 

Although the operation of the class Φ2 dc/dc converter is 
well described in the literature [5]-[9], a straightforward 
design procedure is not available.  In fact, a design procedure 
for the class Φ2 dc/dc converter in Fig. 2 is not available at 
all.  

In this paper, a detailed step-by-step design procedure, 
design optimization, and performance evaluation of both 
topologies of the class Φ2 dc/dc converter shown in Figs. 1 
and 2 are presented.  The design procedure is illustrated on a 
90-W, 160-170-V input and 33-V output class Φ2 dc/dc 
converter operating at 30 MHz.  The experimental circuit is 
described in details and measurement results are presented. 

II.  DESIGN APPROACH  

Generally, analysis of operation and design of conventional 
resonant converters is based on the fundamental harmonic 
approximation (FHA).  However, since in class Φ2 converters 
the third harmonic also has significant effect on the converter 
operation, both the fundamental and the third harmonics must 
be considered in the analysis and design of class Φ2 
converters.   

In this paper, the design procedure is divided in two major 
parts.  The first part is the design of the loading network that 
includes the resonant rectifier and the transformer in Figs. 1 
and 2, as well as the LS-CB circuit in Fig. 1.  In the first part 
of the design, the switch at the input of the loading network 
is replaced with a voltage source that models the voltage 
across the switch.  Generally, to minimize the voltage stress 
of the switch, the MRN is tuned to achieve a quasi-trapezoidal 
voltage waveform across the switch, as shown in Fig. 3(a).  
This quasi-trapezoidal waveform can be further 
approximated with a square wave of amplitude 2∙VIN, also 
shown in Fig. 3(a).  Then, in the design procedure, the square 
waveform of the inverter switch voltage is represented by its 
dc value and by its first and third harmonics, as shown in Fig. 
3(b), i.e.,  

≅ 	 ∙ ∙

cos 2 ∙ ∙ ∙ 2 ∙ 3   .                   (1) 

It should be noted that the primary voltage of the 
transformer in Fig. 2 is obtained as  

 
Fig. 3  Inverter switch voltage waveform: (a) quasi-trapezoidal waveform 
and its approximation with square wave, (b) square wave represented with 
its first and third harmonics. 

	 ≅ ∙ ∙ cos 2 ∙ ∙

∙ 2 ∙ 3   ,        (2) 

i.e., it is equal to the inverted ac components of the switch 
voltage.   

The design starts with the FHA and, then, the design results 
are refined by adding third harmonic approximation.  The 
second part of the design procedure is the design of the 
resonant inverter, including the selection of the inverter 
switch and design of the MRN. 

III.  DESIGN OF LOADING NETWORK  

The resonant rectifier in Fig. 1 can be simplified as shown 
in Fig. 4, where the rectifier is driven from a sinusoidal 
current source iREC(1), which is the FHA of the rectifier input 
current iREC, the load is represented with a constant voltage 
source VOUT, and the diode parasitic capacitance CR and the 
external capacitance CR,ext in Fig. 1 are neglected.  Using this 
simplified model, inductance LR and the amplitude of the 
sinusoidal input current are obtained as LR = 138 nH and 
IREC(1),pk = 5.48 A, following the design procedure in [15].  For 
diode DR, two SiC Schottky diodes C3D02060E (600V, 2A) 
[21] were selected and connected in parallel to achieve a 
better thermal management.  When the diode nonlinear 
capacitance is also taken into consideration, the amplitude of 
the sinusoidal input current is reduced to 3.05 A to produce 
the desired output power of 90 W.   

At the fundamental frequency, the resonant rectifier as the 
load of the resonant inverter can be represented with its 
equivalent first-harmonic input impedance RREC + jXREC(1), as 
shown in Fig. 5.  The resonant inverter in Fig. 5 is represented 
with the voltage source vSW(1), which models the voltage 
across the switch at the fundamental frequency, and with the 
reactance of the LS-CB circuit at the fundamental frequency, 
denoted as XS(1).   

From the fundamental-frequency model of the class Φ2 
converter in Fig. 5, the turns ratio N of the autotransformer 
can be obtained by considering the effect of N on reactance 
XS(1) and on the rms value of the first harmonic of inverter 
current IINV(1),rms, presented with graphs in Fig. 6.  Generally,  

 
Fig. 4  Simplified circuit             Fig. 5  Fundamental-frequency model 
diagram of resonant rectifier.      of class Φ2 converter in Fig. 1. 

 
Fig. 6  Effect of autotransformer turns ratio N on reactance XS(1) and rms 
value of first harmonic of inverter current IINV(1),RMS. 

i REC(1) LR

v REC

VOUT

DR

i OUT NP

XS(1) 

7.52
NS

XREC(1) 

RRECVSW(1) 


i REC(1) 

VINV(1) 

VREC(1) 

i INV(1) 

, AΩ

1 2 3
0

20

40

60

1 2 3
0.5

1

1.5

2

2.5

2171



 

v REC

CR

2T 

3T 

ATR 

68nH 

52nH 

LR= Lm,S

DR
i OUT

V OUT

L Lk,P 

43nH 

L S 

151nH 

v SW(1) 

v SW(3) 

204 V pk 

68 V pk 

i INV

v INV

C B

4.4nF 

L Lk,S 

 
Fig. 7  Model of class Φ2 converter in Fig. 1 for testing FHA design. 

N should be selected as large as possible to minimize the 
inverter current and, consequently, minimize conduction 
losses, and at the same time to produce proper inductive 
reactance XS(1) for ZVS of the switch.  From Fig. 6, N=2.5, 
i.e., NP/NS = 1.5, is selected.   

The autotransformer was implemented with NP=3 and 
NS=2.  Measured parameters of the autotransformer are 
shown in Fig. 7.  It should be noted that magnetizing 
inductance Lm,S, and primary- and secondary-side leakage 
inductances LLk,P and LLk,S are calculated from the measured 
short-circuit and open-circuit terminal impedances of the 
autotransformer at the fundamental frequency.  Since in this 
design the magnetizing inductance of the autotransformer is 
used as rectifier’s inductance LR, the resonant rectifier was 
redesigned.  By repeating the above design steps, it is 
obtained that IINV(1),pk = 2.03 A and XS(1) = 28.5 Ω.  The 
impedance of blocking capacitor CB is selected to be much 
smaller than XS(1).  In fact, selecting CB = 4.4 nF, impedance 
of CB is 1.2 Ω << 28.5 Ω.  Finally, it is obtained that LS = 151 
nH.   

Next, this FHA design is tested by adding the third-
harmonic voltage source vSW(3) to the first-harmonic voltage 
source vSW(1) and by using the complete circuit model of the 
resonant rectifier, as shown in Fig. 7.  Key simulation 
waveforms presented in Fig. 8(a) show that inverter current 
iINV has significant low-order harmonics, i.e., the design with 
FHA is not justified.  Since the harmonic distortion of the 
inverter current iINV is caused by the nonlinear i-v 
characteristic of diode DR, external capacitance CR,ext is added 
to the resonant rectifier, as shown in Fig. 1, to reduce the 
effect of this nonlinearity. 

With added external capacitance CR,ext, the FHA design 
procedure described above was repeated with different values 
of CR,ext.  The design results are presented in Table I.  It 
follows from Table I that with increasing capacitance CR,ext, 
the phase shift Δθ between fundamental voltage vINV(1) and 
current iINV(1) decreases and becomes zero at CR,ext=90 pF, 
which means that the load impedance of the inverter at the 
fundamental frequency is resistive.  

 
Fig. 8  Key simulation waveforms: (a) CR,ext = 0, LS = 151nH; (b) CR,ext = 
90 pF, LS = 534 nH.  

                      TABLE I                                                  TABLE II 
        DESIGN WITH DIFFERENT CR,ext           DESIGN WITH DIFFERENT CP,ext 

 
The FHA design results obtained with different values of 

CR,ext were tested the same way as above by adding third 
harmonic voltage vSW(3) to voltage source vSW.  The effect of 
capacitance CR,ext on the harmonic distortion of the inverter 
current iINV is shown in Fig. 9.  It follows from Fig. 9 that for 
CR,ext ≥ 90 pF, the first harmonic is dominant (≥ 96.7%) and 
the third harmonic is significantly reduced (below 10%). It 
can be concluded that the FHA design is justified for CR,ext ≥ 
90 pF.  In the final design, CR,ext = 90 pF is selected.  Key 
simulation waveforms are presented in Fig. 8(b).  

It should be noted that capacitance CR,ext also affects the 
output power, as shown in Fig. 10.  It can be seen in Fig. 10, 
that for CR,ext ≥ 90 pF, the output power monotonically 
increases.  With CR,ext = 90 pF, the output power is less than 
90 W.  To increase the output power to 90 W, LS is decreased 
from 534 nH to 470 nH.  It should be noted that the output 
power can also be increased by keeping LS = 534 nH and by 
increasing CR,ext from 90 pF to 104 pF.  However, this design 
requires larger values of LS and CR,ext.  

 
Fig. 9  Effect of capacitance CR,ext on harmonic distortion of inverter current 
iINV. 

 
Fig. 10  Effect of capacitance CR,ext on output power. 

The design procedure of the resonant rectifier in Fig. 2 is 
similar to that of the resonant rectifier in Fig. 1, after the 
voltage-driven resonant rectifier is converted to a current-
driven resonant rectifier as shown in Fig. 11 by applying 
Norton’s theorem, where iREC(1) = vREC(1)/(ωSW∙LR).  After the  
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Fig. 11  Equivalent voltage-driven and current-driven resonant rectifiers.  
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Fig. 12  Model of resonant rectifier in Fig. 2 driven through XF by voltage  
source represented with first and third harmonics of switch voltage. 
 

current-driven resonant rectifier components are designed (LR 

= 138 nH and IREC(1),pk = 3.05 A), the current-driven resonant 
rectifier is converted back to the voltage-driven resonant 
rectifier and the peak value of vREC(1) is obtained as VREC(1),pk 

= ωSW ∙LR ∙IREC(1),pk = 79.3 V.  Then, the transformer turns ratio 
is calculated as  

										 ,

,

	 @	

.
2.57  .        (3) 

Selecting N=2.5, LR value is refined from 138 nH to 144 nH 
to produce the desired output power of 90 W.   

Next, the FHA design is tested by adding third-harmonic 
voltage source vSW(3) to first-harmonic voltage source vSW(1) 
as shown in Fig. 12.  Key simulation waveforms in Fig. 13 
show that by adding third harmonic voltage vSW(3), the 
average output current increases, resulting in increased output 
power.  The output power is adjusted with external 
capacitance CR,ext in Fig. 2.  The effect of capacitance CR,ext 
on the output power and efficiency of the resonant rectifier 
are presented in Fig. 14.  It follows from Fig. 14 that with 
increasing capacitance CR,ext, the output power approximately 
linearly decreases, whereas, efficiency only slightly 
decreases.  For the final design, CR,ext = 40 pF is selected and 
LR value is refined to LR=142 nH to produce the desired 
output power of 90 W. 

The transformer was implemented with NP=5 and NS=2.  
The measured magnetizing inductance of the transformer is 
LM = 217 nH, whereas the measured primary- and secondary-
side leakage inductances are LLk,P = 5.8 nH and LLk,S = 36 nH, 
respectively.  It should be noted that LLk,S can be absorbed by 
rectifier inductance LR.  

 

 
Fig. 13  Key simulation waveforms: (a) vSW = vSW(1), (b) vSW = vSW(1)+vSW(3). 

 
Fig. 14  Effect of capacitance CR,ext on output power and efficiency of 
resonant rectifier in Fig. 2. 

IV.  DESIGN OF RESONANT INVERTER  

In this paper, for the inverter switch, E-mode GaN device 
GS66504B (650 V, 15 A, 100 mΩ) [22] is selected.   

The switch voltage waveform is shaped to the quasi-
trapezoidal waveform shown in Fig. 3(a) by the MRN 
comprising L2, C2, CP, where CP includes the switch nonlinear 
capacitance COSS (CP = CP,ext + COSS), and LP in Fig. 1, i.e., LM 
in Fig. 2.  

The shaping of the switch voltage waveform of class Φ2 
inverter can be derived from the shaping of the switch voltage 
and current waveforms of class F power amplifier [14], which 
is based on the selection of the poles and zeros of the MRN 
impedance.  MRN impedance ZMRN has two poles and one 
zero.  If the two poles and the zero of the MRN are placed at 
fSW, 3∙fSW, and 2∙fSW, respectively, as shown in Fig. 15, a 
quasi-trapezoidal waveform of the switch voltage can be 
obtained as illustrated in Fig. 3(a).  It should be noted that the 
value of one of the four components of the MRN can be freely 
selected.  It is convenient to freely select the external part 
CP,ext of capacitance CP.  For the switch nonlinear capacitance, 
average value COSS,avg = 58 pF is used.  Different designs, 
presented in Table II,  result  in  different  peak  and 

 
Fig. 15  Impedance of multi-resonant network. 
 

 
Fig. 16  Effect of capacitance CP,ext on peak and valley values of switch 
voltage.  

1
	||

1

	||

10 20 30 40 50 60 70 80 90 10 0
20

0

20

40

60

80

10 0
( g )

Frequency [MHz]

Magnitude [dBΩ]

| |

| |
| |

vREC(1)

L R

DR

C R

VOUTCR,ext 
iREC(1) L R

DR

C R

VOUTCR,ext 

2173



 

 
Fig. 17  Effect of MRN second-pole frequency selection on peak and valley 
values of switch voltage (CP,ext = 40 pF). 

valley values of the switch voltage, VSW,pk and VSW,val in Fig. 
3(a), as shown in Fig. 16.  It follows from Fig. 16 that with 
increasing capacitance CP,ext, the peak and valley values of the 
switch voltage approach twice the input voltage VIN.  
However, by increasing CP,ext, inductance LP significantly 
decreases, as shown in Table II, resulting in significantly 
increased rms value of input current iIN and, consequently, 
increased conduction losses.  

The peak and valley values of the switch voltage can be 
further improved, without decreasing the efficiency, by 
moving the second pole of the MRN below 3fSW, as shown in 
Fig. 17.  For the final design, CP,ext = 40 pF is selected and the 
second pole of the resonant network is placed at 2.3fSW.  Key 
simulation waveforms presented in Fig. 18 illustrate the 
proper operation of the Φ2 converter.   

It should be noted that the above design procedure for the 
resonant inverter can be applied for the resonant inverter in 
Fig. 2 only if the primary-side leakage inductance LLk,P is 
negligible compared to the magnetizing inductance LM.  

 

 
Fig. 18  Key simulation waveforms of Φ2 converter in Fig. 1 at VIN = 160 V 
and POUT = 90W.  

V.  CONTROL OF RESONANT INVERTER 

The resonant inverter operates at constant switching 
frequency and constant duty cycle.  Output voltage regulation 
is achieved by employing burst-mode (on/off) control.  

It should be noted that control with variable switching 
frequency cannot be used since the performance of class Φ2 
inverter strongly depends on the tuning of its MRN.  Also, 
control with pulse width modulation (PWM) at constant 
switching frequency cannot be applied.  This is explained in  

 
Fig. 19  Load power PO and switch loss PSW vs. duty ratio with PWM 
control. 

Fig. 19 with simulation data for output power PO and switch 
loss PSW vs. duty ratio D.  As shown in Fig. 19, at higher and 
lower D values, i.e., D > 34% and D < 17%, respectively, the 
switch turns on with hard switching.  In fact, at higher D 
values, the switch off-time is too short for capacitance COSS 
to discharge, resulting in hard turn-on of the switch.  At lower 
D values, during the switch off-time, after COSS completely 
discharges, the switch drain current becomes negative, i.e., 
the switch operates with reverse conduction, with a low 
voltage drop across the switch.  As the absolute value of the 
drain current decreases, eventually, by the time the switch 
turns on, the drain current becomes positive and charges COSS 
capacitance, resulting in hard turn-on of the switch.  
Therefore, due to the ZVS loss at lower and higher duty 
cycles, the practical range of duty-cycle variation is very 
narrow and is not enough for PWM control.  Fig. 19 also 
shows that within the ZVS range, the load power practically 
does not depend on the duty ratio.  

It should be also noted that burst-mode (on/off) control also 
has some drawbacks.  First, in order to keep the input and 
output voltage ripple reasonably small, the values of the input 
and output capacitors are significantly increased because their 
values are determined not by the switching frequency, but by 
the burst frequency, which is typically 10-20 times lower than 
the switching frequency.  Second, at the beginning of each 
burst interval, the switch turns on with hard switching with 
voltage VIN across it, as shown in Fig. 26.  This hard turn-on 
causes extra switching loss, proportional to the burst 
frequency, which significantly contributes to the total switch 
loss.  In addition, at the beginning of a burst interval, for a 
few switching cycles, the switch voltage can substantially 
exceed its steady-state value as also shown in Fig. 26.  At a 
higher duty ratio, this transient becomes more severe as more 
energy is stored in input inductor LP during the switch on-
time.  To reduce the transient voltage stress, it is desirable to 
select a lower duty ratio within the ZVS range, namely, 
around 20%. 

VI.  EXPERIMENTAL RESULTS  

The proposed design procedure was applied to a 30-MHz, 
90-W prototype of the class Φ2 dc/dc converter in Fig. 1, 
converting 160-170-V input to 33-V output voltage.  The 
component values of the prototype circuit are presented in 
Fig. 20.  Switch SW is implemented with GS66504B (650-V, 
15-A, 100-mΩ) GaN device which has 2.7-nC gate charge at 
5-V driving voltage.  With such low gate charge, the switch 
driving loss is only 0.41 W, which makes it possible to use a  
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Fig. 20  Circuit diagram of experimental prototype. 

 
Fig. 21  Measured waveforms of driver and switch. 

conventional switch driver instead of a more complex 
resonant driver (typically employed to drive RF Si power 
MOSFETs).  Switch SW operates with 20.5% duty ratio that 
corresponds to 6.7-ns on-time.  Such short on-time requires a 
very fast switch driver.  The LMG1020 driver (2.5-ns typical 
and 4.5-ns maximum propagation delay) from TI was 
selected.  In fact, that was the fastest driver on the market at 
the time the prototype converter was built.  The values of 
external resistors are 3.1 Ω in the gate charging path and 1.5 
Ω in the gate discharging path.  Experimental waveforms of 
the driver and switch voltages are presented in Fig. 21.  It 
should be noted in Fig. 21 that the turn-on tD(ON) and turn-off 
tD(OFF) propagation delays are within the limits specified by 
the manufacturer.  

The top and bottom views of the experimental circuit are 
shown in Fig. 22.  It can be seen in Fig. 22(b) that all magnetic 
components are implemented with solenoid-type windings, 
coiled around threaded non-magnetic Teflon rods.  In fact, 
currently available magnetic materials have very high loss at 
30-MHz and cannot be used as cores of magnetic 
components.  The windings of magnetic components were 
built with solid AWG #16 copper wire.  It should be noted 
that the selected copper wire at 30 MHz has a ratio of wire 
diameter and skin depth ⁄ 108.  With this ratio, the ac 
resistance of the selected wire is lower than that of the 
corresponding Litz wire with the same cross-sectional copper 
area [24]. 

The MRN components, input capacitor CIN, and switch SW 
were the first mounted on the prototype PCB.  The MRN 
impedance ZMRN, which is critical for the converter 
performance, was measured with the HP4194A impedance 
analyzer by using probe HP41941A.  It should be noted that 
probe HP41941A introduces an inductance LPROBE = 5.3 nH 
due to a 12-mm distance between its active and ground 
terminals (see Fig. 23).  Since inductance LPROBE significantly 
affects the measurement results, the same-value inductance 
was added to the MRN model for comparison between the 
simulated and measured impedances.  It should be also noted 
that since COSS capacitance of the switch strongly depends on 
the drain-source voltage, a bias voltage VBIAS = 150 V was 
applied to  the  MRN  input  (see Fig. 23).  The  bias  voltage 
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Fig. 22  Experimental prototype: (a) top view, (b) bottom view. 
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Fig. 23  Measurement setup for MRN impedance. 

 

Fig. 24  (a) Measured and (b) simulated MRN impedance plots. 
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TABLE III 
POLE AND ZERO FREQUENCIES OF MRN IMPEDANCE 

 fP1 
[MHz] 

fZ1 
[MHz] 

fP2 
[MHz] 

Simulated  29.6 59.2 74.8 

Measured  30.2 58.9 75.0 

 

 

Fig. 25  Measured steady-state waveforms inside a burst interval at 54-W 
load. 

 

Fig. 26  Measured transient waveforms at beginning of a burst interval at 
54-W load. 

 

Fig. 27  Measured steady-state waveforms in burst operation at 54-W load. 

 

 

Fig. 28  Measured efficiency. 

value was limited by the HP41941A specifications.  
Measured and simulated MRN impedance plots are presented 
in Fig. 24, whereas, measured and simulated pole and zero 
frequencies are presented in Table III.  As can be seen in 
Table III, the measured and simulated frequencies are in a 
good agreement.  Finally, it should be noted that the pole and 
zero frequencies in Table III slightly differ from the designed 
values due to the effect of the probe inductance.  

Measured steady-state waveforms inside a burst interval 
obtained with closed-loop on/off hysteretic control at 54-W 
load are shown in Fig. 25.  It can be seen in Fig. 25 that the 
inverter switch has a quasi-trapezoidal waveform vDS, which 
is in agreement with the waveform in Fig. 3(a).  The switch 
operates with 20.5-% duty ratio.  The peak value of the switch 
voltage is 2.21∙VIN and 2.29∙VIN at the 160-V and 170-V 
inputs, respectively.  

Measured transient waveforms at the beginning of a burst 
interval are shown in Fig. 26.  It can be seen in Fig. 26 that 
during the first switching cycle, the switch turns on with hard 
switching, whereas, during the subsequent cycles, the switch 
operates with ZVS.  The transient overshoot of the switch 
voltage exceeds its steady-state value by 30% at VIN = 160 V 
and by 26% at VIN = 170 V.  

Measured steady-state waveforms in burst operation are 
shown in Fig. 27.  The burst frequency for both VIN = 160 V 
and VIN = 170 V is close to 20 kHz.   

The measured efficiency is presented in Fig. 28.  The 
maximum efficiency is around 82%, which is 5% lower than 
the calculated efficiency.  This efficiency drop is attributed to 
higher-than-expected losses of the switch.  This conclusion is 
based on the temperature measurement of the components.  In 
fact, the calculated losses of the switch and the rectifier are 
almost the same, but the switch temperature is 30°C higher 
than the rectifier temperature.  The output power was not 
increased above 66 W due to the elevated switch case 
temperature (82°C). 

These higher-than-expected switch losses can be explained 
by two phenomena: the dynamic on resistance of the GaN 
devices [16]-[17] and the non-lossless charge/discharge of the 
COSS capacitance [18]-[19].  It should be noted that the 
elevated switch losses associated with these two phenomena 
are not documented in the GaN devices datasheets since these 
losses are, typically, not significant at switching frequencies 
below 1 MHz.  However, these phenomena can lead to 
dramatically increased switch losses at multi-MHz 
frequencies [20]. 
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VI.  SUMMARY  
In this paper, a detailed step-by-step design procedure, 

design optimization, and performance evaluation of two 
topologies of the class Φ2 dc/dc converter are presented.  The 
design procedure is illustrated on a 90-W, 160-170-V input 
and 33-V output voltage class Φ2 dc/dc converter operating at 
30 MHz.  The experimental circuit is described in details and 
measurement results are presented.  Practical issues with the 
currently available GaN devices are also discussed.  In order 
to build practical GaN-based off-line VHF converters, 
manufacturers of GaN device will need to extend the 
characterization of their devices to multi-MHz frequencies. 
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